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Abstract—CMOS passive mixer linearity is analyzed using a
Volterra-series analysis and closed-form expressions for IIP,,
two-tone I1IP3, and cross-modulation ITP; are presented, ex-
hibiting dependence upon the mixer source and load impedances.
Design guidelines are suggested for improving the mixer linearity
performance. Accurate expressions are presented for the input
impedance of an ideal passive mixer with an arbitrary load
impedance. The calculations are in close agreement with the
measured results and the simulated response.

Index Terms—Analog integrated circuits (ICs), CMOS passive
mixer, current commutating mixer, intermodulation distortion,
passive mixer nonlinearity, Volterra series analysis.

1. INTRODUCTION

OWNCONVERTING mixers are an indispensable part
D of any modern communication receiver. Active Gilbert
mixers have been the mainstay of integrated receiver systems
due to their superior gain performance. However, they suffer
from voltage headroom limitations and high flicker noise, as
technologies scale to sub-100 nm. These drawbacks pose se-
rious challenges in a direct conversion receiver (DCR) design.
Despite higher conversion losses, current commutating passive
CMOS mixers are preferred in integrated DCR designs, due to
their modest headroom requirements and excellent flicker noise
performance [1]-[3]. Several detailed studies have been under-
taken to address passive mixer design concerns such as noise, dc
offset, and second-order distortion [3]-[7]. However, little has
been published on the fundamental nonlinear behavior of these
current-commutating passive mixers.

An analysis of the intermodulation distortion of current com-
mutating CMOS active mixers was presented in [8]. A distortion
analysis of MOS track-and-hold sampling mixers involving a
time-varying Volterra series analysis was presented in [9]. These
analyses cannot be directly applied to current commutating pas-
sive mixers since the transistors in passive mixers are biased
in deep triode, and the later case assumes voltage commutation
(i.e., a high load impedance) and does not account for the effects
of source and load impedances.

High-linearity passive mixers are crucial for successful de-
sign of CDMA receivers without the interstage RF filter be-
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tween the LNA and mixer. In these receivers, the transmitter
(TX) signal leaking into the receiver cross-modulates with a
close-in jammer to produce in-band distortion [10]. It is shown
in this paper that the mixer linearity is significantly affected
by its source and load impedances. We have developed a gen-
eral distortion theory of current commutating passive field-ef-
fect transistors (FET) mixers and establish the relationship be-
tween mixer IIP5, two-tone IIP3, and cross-modulation (XM)
ITP3, and its frequency-dependent source and load impedances.

Section II presents the mixer modeling for distortion analysis
using a Volterra series, which is presented in Section III. The
effects of frequency-varying mixer source and load impedances
are analyzed in Section IV. High-frequency effects arising from
the transistor capacitances and local oscillator (LO) feedthrough
are discussed in Section V. This paper concludes in Section VI
with measurement results that confirm the theory.

II. MIXER MODELING

A. Device Modeling

A typical monolithic DCR block diagram is shown in
Fig. 1(a). As shown in Fig. 1(b), the low-noise amplifier
(LNA) can be modeled as a transconductance stage feeding its
output current into the passive mixer. The mixer output current
drives the transimpedance amplifier (TTA), which generates
the baseband output voltage. Typically, the common-mode
feedback loop of the TIA provides the dc bias (Vo) to the
input and output terminals of the mixer. Due to the ac coupling
capacitor (C.) between the LNA output and the mixer input,
the transistors in the mixer are biased in the deep triode region
with Vps = 0. We assume that the transistor gates are driven
by an ideal square wave LO signal.

Due to symmetric dependence of the drain current Ip, ei-
ther of the terminals can be assumed to be the drain or the
source [11]. Hence, without loss of generality, we assume the
input node to be the source S and the output node to be the
drain D. It is crucial to choose a correct MOS model for an-
alyzing the passive mixer nonlinearity. At the Vps = 0 bias,
the industry standard models like BSIM3v3, BSIM4, Philips
MMO9, and EKV models deviate from the measured results, due
to discontinuities in the higher order derivatives of drain cur-
rent and terminal charges [12]-[15]. The latest surface poten-
tial-based model, PSP [16] and the next-generation BSIM model
BSIMS [17], [18] use a single equation to define the drain cur-
rent across all biasing conditions and have continuous first and
higher derivatives.

The models are typically tested for Gummel symmetry [19],
where equal and opposite voltages are applied at the source and
drain terminals of the MOSFET and drain current is measured
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Fig. 1. (a) Receiver block diagram. (b) Simplified receiver model.
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Fig. 2. Schematic for dc analysis of an NMOS transistor.

(Fig. 2). The drain current and its first-, second-, and third-order
derivatives with respect to Vpg are plotted in Fig. 3 for BSIM3v3
and PSP models. The second-order derivative of I shows dis-
continuity at Vpg = 0 for the BSIM3v3 model and this has been
asserted as the reason behind the anomalous third-order distor-
tion slope of 2: 1, instead of 3 : 1, in passive mixer simulations
[20], [21]. Hence, the PSP model was chosen for the simulation
results presented in this paper.

B. Nonlinearity Modeling

The primary sources of nonlinearity in a passive CMOS mixer
driven by a square-wave LO are the: 1) nonzero rise and fall time
of the LO; 2) nonlinear device capacitances Cgs and Cgq; and
3) the nonlinear Ip versus Vpg relationship.

At lower microwave frequencies, a square-wave LO can be
faithfully achieved in an integrated circuit (IC) environment, and
hence, the contributions from the finite rise time and nonlinear
capacitances are negligible for short gate-length devices. Those
sources have been initially ignored; but at higher frequencies,
these effects can be nonnegligible and their impact is discussed
later in Section V. The receiver model in Fig. 1(b) can be further
simplified to Fig. 4(a). The double-balanced passive mixer is as-
sumed to be driven by an ideal square-wave LO with a 50% duty
cycle. The LNA output is modeled as an ideal current source
irF, shunted by impedance Zg, which acts as a signal source
for the mixer. Similarly, the TIA input is represented by the load
impedance Zj,. In practice, the LNA load is typically a shunt
LC tank terminated at Vpp, and the output buffer of the TIA
provides the ground termination to Z ; hence, a common-mode
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Fig. 3. Ip and first three derivatives with respect to Vs for a MOSFET tran-
sistor simulated with BSIM3v3 and PSP models. The source and drain volt-
ages are equal and opposite (Fig. 2). Voe = 1.5 V and the transistor size is
50 pm/0.18 ppm.

ground is justified. Additional differential capacitances at the
mixer output (not shown here) filter off the high-frequency sig-
nals and have been ignored in this analysis, as they do not affect
the signal and the intermodulation distortion tones.

The mixer operation can be analyzed by expressing the mixer
input and output voltages as weakly nonlinear Volterra series
expanded about the periodically varying LO voltage [22]. The
series coefficients are time varying; however, for low-frequency
operation relative to the f; of the transistor, the memory ele-
ments in the mixer and the load impedance can be ignored and
the coefficients are assumed to be constants. Each transistor can
be modeled as a nonlinear transconductance gy, in series with
an ideal switch, as shown in Fig. 4(b). Assuming no device mis-
matches and nonoverlapping LO waveforms, the circuit can be
further simplified to Fig. 4(c), where Z, rF refers to the load
impedance Z, transformed into the RF domain. The relation-
ship between Z;, rr and Zj, is developed later in Section IV.
Due to its symmetry, the circuit can be further simplified to its
single-ended version in Fig. 4(d).

III. MIXER LINEARITY ANALYSIS

In general, the large-signal drain current ¢p is a function of
the drain and source voltages referred to the bulk, rather than
the large-signal drain—source voltage vps. Hence, ¢p can be
expressed as

D =¢§1VD +92D?)2D + ggDv?’D + -
— g10s + g2, V8 + g3 Ve + o
+ 92105 UDUS + 93,105 VDUS
+ 930025 VDVE + - (1

where vp and vg are the large-signal drain and source voltages
of the MOSFET referred to the bulk, respectively. By symmetry,
the coefficients of vp and vg are equal and opposite. All the
coefficients in (1) depend on the process technology, gate bias
voltage, and transistor size. Assuming gnr, to be a weakly non-
linear conductance, fourth-order and higher order terms in (1)
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Fig. 4. (a) Double-balanced passive MOSFET mixer. (b) Passive FET mixer
with transistors modeled as nonlinear conductances and ideal switches.
(c) Simplified model of (b) for nonoverlapping LO* and LO~ and real load
impedance. (d) Single-ended equivalent model of the mixer.

have been ignored. Hence, in Fig. 4(d), the input and output
voltages can be expressed as a converging Volterra series of the
source current ¢gy. Thus,

vs = Hy4(8) oirr + Ha,(s1,52) oiQRF

+ H3,(s1,82,83) 0ligp + - (2a)
Up :HlD(s) o iRF + H2D (81,82) Oi%{F
+ Hs, (s1,82,83) 0 ipp + (2b)

where H,,, and H,,,, are the nth-order Volterra kernels for the
input and the output nodes, respectively. The first-order Volterra
kernels are

91 +91(s) a
Hls(s) - , A(S) (3 )
_ 4 91
HlD (S) - T A(S) (3b)
where
A(s) = g19s(5) + gs(s)gr(s) + gr(s)g1 “4)
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Fig. 5. Schematic for computation of the second-order (and third-order)
Volterra kernels.

and the 2/ factor is added to Hy ,, (s) to account for the double-
balanced mixer gain. The second-order Volterra kernels can be
obtained by solving for the node voltages in Fig. 5. The non-
linear current source 7,2 1s a function of the first-order Volterra
kernels [23], and is given by

inte = m{gaDngrgas (91495(51)) (91+91(s2))

anpecn (s 2L }

2
Q)
Solving the circuit in Fig. 5 yields
H25(31752) :giL(SI +82)iNL2(81.82> (63)
A(Sl + 82) ’
2 gs(s1+s2).
H =7y . 6b
25 (51,52) NCEYS iNL2(51, 52) (6b)

In a similar fashion, the third-order nonlinear current can
be computed with in,3 as the current source. The third-order
Volterra kernels are

gL(Sl + S2 + S3>
Hs (51, 82,83) = A(sy + 52+ 83)

X inr3(s1, 52, 53) (7a)
2 gs(s1 + 52+ s3)
H, (s1, —_Z95 1T 527 %)
3')(81182783) s A(Sl +82+83)
X iNL3(51, 52, 53)- (7b)

in1.3 can be computed from lower order Volterra kernels, as out-
lined in [23].

A. TIP, and TP,

For two input signals at frequencies w; and ws, the second-
order input intercept point IIP refers to the input power when
the output power due to second-order intermodulation distortion
Pyt (w1 —wo) equals the fundamental output power Pyt (wr,o—
w1 ). Analytically,

Pout (WLO - wl)
Pout (wl - (UQ)

- {UD(wLo —wi)

o vD(w1 —(4)2)

1P, = Pin(w1)

2
} Pan(wn) ®)

where P, is the input power, and vp is the single-ended drain
voltage. Similarly, the third-order intermodulation distortion
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due to two tones at wy and we appears at 2w; — ws. For this
downconverter, it can be expressed as

{ Pout (wLO - (.Ul)

I1P
° Pout(wro — (2w1 — wo

1/2
>>} Bufn)
’UD(WLO - C/Jl)

= P, .
'UD(UJLO — (2&)1 — WZ)) m(wl) (9)

The single-ended fundamental, second-order, and third-order
intermodulation distortion voltages at the mixer output can be
evaluated as

vp(sLo — s1) = Hi, (51)irF(51) (102)
vp(s1 — s2) = Hap (81, —52)
X igp(51,52) (10b)
vp(sLo — (251 — s2)) = ZHaD(shsh —52)
X igp(s1,51, —s2).  (10c)

Keeping in mind that | Zs| is typically much greater than both
1/g1 and | Zy, gr|, we can, therefore, assume that

gs(s1),9s(s1 — 82),95(251) < gr.(s1 (11a)
gr(—s2) = gr(s1) (11b)
A(si) = g1gr(si) (11¢)

and the simplified expressions for Hy,, and Hs, are given by

Hy, (wy, —ws)
~ gs(w1 — wo)
T g (wi)gr(wi —ws)
X [A2g% (w1) + Argr(w1) + Ao]
Hs, (w1,w1, —w2)
2 9s(2w1 — wo)
T w9793 (w1)gr (2w1 — wy)
X [339%(011) + Bag? (w1) + Bigr(w1) + Bo] (12b)

(12a)

where the coefficients A,’s and B,’s are defined in
Appendix II.

For verification, the circuit in Fig. 4(a) was simulated and
the single-ended fundamental IMD5 and IMD3 components of
the mixer output voltage were compared with the calculated
values. As we assumed low-frequency operation, all the sim-
ulation were carried out at LO frequency of 1 MHz to show the
excellent agreement with the calculations. Later, in Section V,
mixer single-ended TP and ITP3 are plotted against frequency
to show that there is less than 3-dB variation up to 1 GHz. The
device parameters in (1) were estimated from the dc analysis
using the technique described in Appendix I. Fig. 6 shows an
excellent agreement between the simulation and calculation.

For the differential operation, the fundamental and
third-order voltages will be doubled, while the second-order
voltage will cancel and can be represented as

_ gs(w1 — wa)
97 (w1)gr (w1 — wo)
X [Agg7 (w1) + Argr(wi) + Aoigp(s1, 52)
(13)

vp(w1 —ws) =
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Fig. 6. Comparison between simulated (using PSP model) and calculated
[using (10a)—(10c)] single-ended fundamental, second-order, and third-order
intermodulation distortion signals for the mixer operated at low frequencies.
P, is the input to the LNA with ¢,, .xa = 30 mS in Fig. 1(a). The mixer
source and load impedances are 500 €2 and 5 €2, respectively.

where A,,’s are the differences between A,,’s for the positive
and negative mixer output terminals. This difference can be
nonzero due to the mismatches and imbalances in the mixer,
LO circuitry, and signals. In an ideal case with no mismatches,
the A,,’s are zero, resulting in zero vp(w; — w2) and infinite
11P,.

Assuming a 50-Q2 match at the LNA input in Fig. 1(a), the
LNA input power can be expressed as

,L'Q
RF
Pin =

= —1 (14)
5091271,,LNA

Thus, the second- and third-order input intercept points are
given by

Py = { 2o —w) 1 ik
? vp(wi —w2) J 5097 1xa

L {gL(wl)gL(wl — ws) }2

50931,LNA gs(w1 — wo)

X [Azg](w1) + Argr(wi) + Ag] -

X

(15a)

vp(wLo — w1) i&r
vp(wro — (2w — wo)) 509217LNA
~ 2 y 9797 (w1) g1 (2w — wy)
75972n,LNA 952w — w2)
x [Bsg3 (w1)+ Bag} (w1)+ Bigr(w1)+Bo) -
(15b)

1IP3(W) =

B. XM TIP;

The XM distortion is the most significant distortion mecha-
nism in CDMA receivers, where the modulated TX signal in the
receiver path cross-modulates with a close-in jammer to produce
in-band distortion [10]. This can be modeled by representing the
close-in jammer as a single tone at w; and the modulated TX
signal as two closely spaced tones at wo and ws; the distortion
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being at w1 + wo — w3. Let the I1P3 due to these three tones be
defined as

IIP3 x (W)
=KxmPin(w1)
y { Pout(wro — wi) }1/2
Pout(wro — (w1 + w2 — w3))

vp(wLo — w1)
=Kxwm Pin w
Mup(wro — (w1 + w2 — w3)) ()

(16)

where Kx\ is a constant dependent on the spectral shape of the
modulated signal [10]. The distortion voltage vp (wro — (w1 +
we — w3)) relates to the third-order Volterra kernel as

3
vp(wro — (w1 + w2 —w3)) = §H3D (w1, w2, —ws3)

xi%{F(wl, w2, —u)g). (17)

Hj;, (wi,ws, —ws3) can be simplified by assuming (11a)—(11c)
in addition to

gr(—w3) = gr(w2) (18a)
gr(w1 + we) = oo (18b)
gr(w1 — w3) oo (18¢)
9r(w2 — w3) = oo (18d)

Equation (18a) is justified since wy and w3 are close together
and the load impedance is assumed to be real, while (18b)—(18d)
imply that the load impedance at high frequency is assumed to
be zero, which is justified due to large filtering capacitances at
the mixer output. The simplified H3,, (w1, ws, —w3) is given by

H3D (w17w27 —ng,)
N gs(wr + wo — w3)
" 39391 (w1)g3 (w2)gr(wr + wa — w3)
X [Cs91.(w1)g7 (w2) + Cagr(wi){gr(w2) + 291 (w1)}
+ Ci{gr(w2) + 291 (w1)} + Co) (19)

where the C),’s, as defined in Appendix II, are independent of
the source and load impedances. Equation (20) gives the inter-
cept point for the XM distortion as follows:

ITP3 x
~ Kxv 9797 (wo)gr (w1 + we — w3)
25gm,LNA gs(w1 + wz — ws3)
X [Cagr(w1)g7 (w2) + Cogr(wi){gr(ws) + 29z (w1)}
+ Ci{gr(ws) + 201 (@)} + Co] (20)

From (15a), (15b), and (20), it can be shown that the mixer
linearity improves by increasing g;, assuming that the deriva-
tives of g7 scale proportionally. However, this may have an ad-
verse effect on the system noise performance and the LO power
consumption. Typically, an optimal transistor size and LO swing
should be chosen by iteratively optimizing over these specifica-
tions.
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IV. EFFECT OF SOURCE AND LOAD IMPEDANCES
ON MIXER LINEARITY

A. Computation of Mixer Input Impedance

Z 1, rr is the input impedance of an ideal passive mixer with
load impedance Zp, as shown in Fig. 7(a). For this analysis,
the mixer is driven by an ideal square wave LO with frequency
WwLo, and 4¢.¢ 18 an ideal single-tone current source with ampli-
tude A and frequency wi,. The current at the load is given by
multiplying the i.s; With a periodic square wave function f,.
Analytically,

7:out (t) = itest (t)qu(t)
24 = 1, .
= — - ( sin (nwro + win )t
T =135 "
+ sin (nwLo — win)t). (21
The output voltage vou(t) across nodes O and O~ can be

computed as the product of 4o, (t) and 271, (w)

24
'Uout(t) = 7 Z
n=1,35...

1 .
X~ [2|ZL(nwLo + win)| sin((nwLo +win )t +61)

+2|ZL (’erLO —win)| Sin((nwLo —win)t+02)]
(22)

where 67 and 6 are arguments of Zj(nwro + wi,) and
71 (nwLo — win), respectively. The same mixer can be envis-
aged as a voltage commutator with v,y (%) as the source voltage
and vyest (t) as the voltage across the open load [see Fig. 7(b)].
Hence,

Vtest (t)

[2|ZL (nwro+win)|cos(((n—m)wro +win)t+671)
(((n+m)wro +win)t+061)
+2|Z 1 (nwLo —win)|cos(((n—m)wLo —win )t +62)
—2|Z1(nwLo —win)|cos(((

+65)].

—2|ZL(nwLO+win)|cos

n+m)wLo —win )t
(23)

Using an approach similar to the conversion matrix approach
[24], the input impedance Z, rr can be computed by finding
the coefficient of cos w;,t in (23), which is given by

4

ZL,RF = P ﬁ [|ZL (’I’LwLo + win)|ej91

+|Z1(nwLo — win)|e %]

4 1
= = Z 3 [ZL (nwLo + win)
n=1,3,5...

+ Zz (TL(ULO — win)] . 24)
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Fig. 7. (a)Ideal current commutating mixer schematic with current source and
load impedance. (b) The same mixer acts as an ideal voltage commutating mixer
having open load with voltage v¢es; across it.

For a resistive load Ry, this results in

oo

2RLZ%

n=1,3,5...

ZLRF = —5 = Rr. (25)

w2

Whereas for a capacitive load, the higher order terms (n > 1)
can be ignored. Thus,

4 1 1
Z R — | = + — }
bRE 02 |:.7(WLO +win)C  —j(wrLo — win)C
]8 Win

=< 7 26
2C Wi, — wi (26)

Specifically,
4 1
= ) Win &~ WLO
2 _ C
Zipen ) Ty Jm = 410) @7
—-J in in 0.
w2 I (wEOC) Y

This suggests that for a capacitive load at the mixer output,
a very large reactive impedance at the mixer input when
win & wro is observed [7]. While at much lower input frequen-
cies, a capacitive load appears as inductive at the mixer input.
Fig. 8 depicts the normalized simulated and the calculated input
impedance for an ideal mixer with a capacitive load.

The expression for Z1, rr can be simplified by observing that
in a typical zero or low IF receiver design, large capacitances are
placed at the mixer output to shunt away any undesired high-fre-
quency signals. This implies that Z,(wr.o + win) is negligible.
Thus, (24) can be further simplified to

4
ZIRF R = [Z} (wro — win)]. (28)
Intuitively, this suggests that the load impedance is scaled and
frequency translated by wy,o at the mixer input. Thus,

2 1

—_——. 2
4 7% (wro — w) 29)

gr(w) ~

IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. 57, NO. 11, NOVEMBER 2009

10 .
= © = Simulation
Calculation
= 57 T
39 Inductive
-
N
0 .
4
]
N
>
g Capacitive
— _5 L 4
_10 L 1 1
0 0.5 1 1.5 2

Relative Frequency (min/ml_o)
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a capacitive load of 1 nF with 1-MHz LO frequency for a passive mixer with
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Hence, for a frequency-dependent resistive load impedance,
the IIP5, IIP3, and IIP3 x as can be computed using (15), (20),
and (29) as

1P, ~ K, {ZL(““)ZS(“” — w2) }2

Zp (w1 — w2)
X [AL + AL Zp(wro — wr)

+ Ay ZE (wro — wi)] -
Zr(wrLo — w1)Zs(2w1 — wa)
Zr(wLo — (2w1 — w2))

X [By + ByZi(wio — wi) + Bl 27 (wro — wi)
+ ByZ3 (wro —wi)] T (30b)
72 (wro — w1)Zs(w1 + wa — w3)
Z1(wLo — (w1 + w2 — ws))
x (0471 (wio — wi) + ChZr(wio — wa)
X {Zp(wLo —w1) +2Z(wLo — wa)}
+ C1Z1(wLo — w1)Zr(wro — w2)
x {Zr(wrLo —w1) + 27 (wro —w2)}
+ C(/)Z%(WLO - wl)Z%(wLO - WZ)] -
(30c)

(30a)
TP, ~ K x

IIP&XA/I %Kr

where K,, K}, and K, are independent of the load and source
impedances, and

2 n

Al = (%) A, (la)
2 n

B = (%) B (31b)
2 n

C! = (%) C,. (lc)

B. Effect of Source Impedance on Mixer Linearity

Equation (30a) highlights the dependence of the second-order
intercept point on the load and source impedances. It suggests
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Fig. 9. Simulated (using PSP model) and calculated low-frequency IIP; vari-
ation with the mixer source impedance. The RF tone power at the input of
the LNA is —50 dBm with ¢,, .xa = 30 mS in Fig. 1(a). The mixer load
impedance is 5 €2, the transistor g; is 76 mS, and the square wave LO frequency
is 1 MHz.

that for good IIP,, | Zs (w1 —w2)| should be as large as possible.
Physically, a low source impedance at (w; — wo) amplifies the
IMD5 currents due to the mismatches in the mixer transistors or
LO signals. In a typical receiver, the parasitic capacitances at the
LNA-mixer interface can lower the input impedance. Hence, in
a receiver design with an inductive LNA load, it is desired to
resonate any capacitance at the LNA output node. Additionally,
an ac coupling capacitor between the LNA and the mixer can
boost the mixer source impedance at (w; — ws ), while passing
the RF signal [25]. For a noninductive LNA load, it might be
desirable to place additional series resistance at the interface to
improve I1P5 [26].

Equations (30b) and (30c) also reflect that, to improve both
the two-tone ITP3 and XM IIP3 x,/, the source impedance at
the RF signal frequency should be as high as possible. This ef-
fect is verified in Fig. 9, which shows the simulated and the cal-
culated ITP3 against the mixer source impedance Zg.

As depicted in Fig. 10, for an LNA with an inductive load L
and quality factor @), the mixer source impedance is constrained
by

1Zs| < lwLQ|. (32)

To maximize |Zg| a large high-Q) inductor is desired, which
resonates with shunt capacitances at the signal frequency, i.e.,

1
L= 33
w%{p(ctune + Cpar) ( )

where Cune and Cpa, are the tuning and parasitic capacitors
at the LNA output, respectively (Fig. 9). Hence, for achieving
high linearity, it is highly desired to minimize the parasitic ca-
pacitances at the LNA output node so that a larger inductor can
be accommodated while having some additional tuning capaci-
tance.

C. Effect of Load Impedance on Mixer Linearity

A passive mixer is typically cascaded with a TIA, as shown
in Fig. 1. Thus, the mixer load impedance is low at dc, but in-
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Fig. 10. Constraints on the mixer source impedance for maximizing the lin-
earity of a passive mixer preceded by a cascode CMOS LNA with an inductive
load.
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Fig. 11. Simulated (using PSP model) and calculated low-frequency ITP, and
IIP; variation with mixer load impedance. The RF tone power at the input of
the LNA is —50 dBm with ¢,,,,.xa = 30 mS in Fig. 1(a). The mixer source
impedance is 500 €2, the transistor g; is 76 mS, and the square wave LO fre-
quency is 1 MHz.

creases rapidly with frequency as the open-loop TIA gain drops.
Hence, the downconverted jammers outside the desired signal
band encounter a relatively high TIA input impedance.

From (30a)—(30c), it is evident that | Z1, (wr.o — (w1 — w2))],
|Zr(wro — wrr)|, and |Z(wLo — w1)| should all be min-
imized simultaneously to maximize TPy and IIP3. The first
term corresponds to a load impedance at high frequency, which
is small due to the large filtering capacitors at the mixer output.
The second term |Zr(wrLo — wrr)| corresponds to the load
impedance at baseband, which is small due to the low input
impedance of the TIA. The frequency (wro — wi) refers to
the downconverted jammer frequency where the TIA input
impedance may be high due to the finite open-loop bandwidth
of the amplifier, especially for out-of-band jammers. Fig. 11
shows the simulated and calculated IIP, and ITP3 as a function
of resistive load impedance Zy. As predicted, both ITP5 and
ITP3 degrade as the load impedance increases.

Similarly, for the XM distortion, (wro — (w1 + wa — w3))
and (w0 —w1) correspond to the RF and the close-in blocker
frequency locations, where the loadimpedanceis small. However,
the effect of out-of-band jammer at (w0 —ws) is much more
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drastic in comparison to that for IIP3;. Hence, apart from
providing low load impedance at baseband and high frequency,
it is of paramount importance to filter off the out-of-band
blockers.

For instance, consider the case of a CDMA-2000 receiver in
the personal communication system (PCS) band. The baseband
bandwidth is 625 kHz, whereas the strongest jammer, due
to TX leakage, is downconverted to 80 MHz. At 80 MHz,
the TIA input impedance is large, resulting in poor mixer
linearity performance. As suggested by (30a)—(30c), this term
contributes to IIP,, IIP3, and IIP3 x s, making the high
load impedance at the downconverted jammer frequency the
single most dominant factor in degrading the passive mixer
linearity. Hence, instead of placing an interstage RF filter, a
linear filtering technique at the mixer output can be helpful
in improving the mixer linearity.

Several implementations are feasible for such a linear filter.
Typically, there is a tradeoff associated, which is dependent upon
the technique under consideration. For instance, the modified
downconverting mixer with filtering proposed in [27] requires
additional power for the LO and area for the capacitance. The
passive filter at mixer output in [28] occupies a die area and
active filtering technique proposed in [29] consumes power and
degrades noise performance. However, despite the tradeoffs,
these techniques reduce the overall cost in comparison to
using an off-chip surface acoustic wave (SAW) filter.

Intuitively, a large | Z1, (w0 — w1 )] results in a large voltage
swing at the mixer IF node. This voltage swing boosts the
second- and third-order nonlinear current sources resulting in
larger distortions. In addition, this can amplify the nonlinear
charging and discharging effects of the transistor capacitances.

Agilent Goldengate simulations were performed with low
load resistances at wy,0 — (w1 — we) and wro — (2w; — wa),
while resistance at wi,0 — w1 is varied. As predicted, a rapid
degradation in mixer linearity is observed with increasing
mixer load impedance at downconverted jammer frequency
(wLo — w1), as shown in Fig. 12.

V. HIGH-FREQUENCY EFFECTS ON MIXER LINEARITY

As the LO frequency increases, the reactive impedances of
the nonlinear gate—source and gate—drain capacitances become
comparable to the transistor conductance (g;), and the mixer
linearity performance degrades due to the nonlinear charging
and discharging of these capacitors. However, as the technology
is scaling to shorter gate lengths, these parasitic capacitances are
reduced, and their effects are typically negligible up to a few
gigahertz. Typically, the effect of gate—source and gate—drain
capacitance nonlinearity on the overall circuit nonlinearity is
small, as long as the operating frequency is a small fraction of
the transistor unity current gain frequency (fr) [30].

Another source of nonlinearity is introduced due to the LO
rise and fall times [9]. It is straightforward to reduce the rise and
fall times of the square-wave LO signal so that its effect is min-
imal in this frequency range, albeit at the cost of slightly larger
LO driver power consumption. These high-frequency effects
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Fig. 12. Simulated (using PSP model) and calculated IIP; variation with the
mixer load impedance at the downconverted jammer frequency (wi,o —w1 ). The
RF tone power at the input of the LNA is —30 dBm with ¢,,, r.xa = 30 mS in
Fig. 1(a). The mixer source impedance and load impedance at wpo — wry are
500 and 5 €2, respectively, the transistor g is 76 mS, and the square wave LO
frequency is 1 MHz.
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Fig. 13. Simulated variation in mixer single-ended IIP> and IIP; with fre-
quency. The RF tone power at the input of the LNA is —50 dBm with ¢, .na =
30 mS in Fig. 1(a). The mixer load and source impedances are 5 and 500 €2, re-
spectively, and the transistor g; is 76 mS.

will continue to reduce with the shrinking technology and par-
asitic capacitances. The simulated single-ended ITP» and ITP3
are plotted as a function of frequency in Fig. 13, and there is
little variation in the ITP, performance, while IIP 3 degrades by
only 3 dB at 1 GHz with 50 gm x 0.18 pm transistors.

VI. MEASUREMENT RESULTS

Measurements were conducted with a double-balanced pas-
sive MOSFET mixer fabricated in a CMOS silicon-on-insulator
(SOI) technology [31]. This technology uses an insulating sub-
strate, which reduces the substrate losses and improves device
performance. Since the preceding analysis does not involve any
assumptions based on the substrate, the results are valid for SOI
and non-SOI technologies.

Fig. 14 shows the measurement setup. The RFbalunhasa 1 : 4
turn ratio, which provides a desirable high source impedance to
the mixer. A shunt resistance Rgpu.n: Was added to create the
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Fig. 15. Measured and calculated fundamental and third-order intermodulation
distortion output powers for the passive CMOS mixer with load impedance of
5 Q. The LO power was +15 dBm.

desired load impedance at the IF port. The calculated and mea-
sured fundamental and third-order intermodulation powers at
the mixer output are plotted in Fig. 15. The measurements are
done with +15-dBm sinusoidal LO at 500 MHz, 800 MHz, and
1 GHz with the two input tones placed at 20- and 39.5-MHz
offset.

Fig. 16 shows the measured IIP3 with increasing load
impedance, which is in close agreement with the calculated
values. ITP3 is computed by comparing the distortion voltage at
the mixer output to a reference voltage measured with 5-(2 load
impedance. As predicted, IIP3 degrades with the increasing
load impedance.

VII. CONCLUSION

We have analyzed the linearity of a current-commutating pas-
sive CMOS zero intermediate frequency (ZIF) downconverting
FET mixer and highlighted its dependence on the mixer source
and load impedances. Closed-form expressions have been pre-
sented for the second-order, third-order, and XM input-inter-
cept points of the mixer using a Volterra-series analysis, and are

Fig. 16. Degradation in the measured and calculated ITP 3 with increasing load
impedance. The LO power was 415 dBm and the input power was —10 dBm,
and the measurement was done at 800 MHz.

found to be in close agreement with the simulated response with
the PSP MOSFET device model.

An accurate relationship has been established between the
input impedance and an arbitrary load impedance for an ideal
passive mixer. Through this analysis, it is observed that while
a resistive load appears unaltered at the mixer input, a capaci-
tive load undergoes a frequency translation, peaking at odd or-
ders of LO harmonics with the peak amplitude going down as
1/n?, n being the order of the harmonic. In particular, the input
impedance appears inductive from dc to wr,o and then becomes
capacitive from wr,o to 2wi,0.

Dependence of passive mixer linearity on the load and source
impedances has been analyzed and design guidelines have been
suggested for improving it. Through Volterra series analysis, it
is shown that the load impedance should be minimized at down-
converted jammer frequencies for improving mixer linearity,
particularly, due to the XM distortion. Additionally, the source
impedance should be kept as large as possible at dc and the RF
signal frequency.

Measurements were conducted with SOI-based passive
CMOS mixers and the results have been found to be in close
agreement to the calculations for different load impedances.
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APPENDIX |
POWER-SERIES PARAMETER EXTRACTION

Equation (1) in Section II can be rewritten as

Vi — Ve ’ g 1
VD2 92p
V[‘;S 93p
VS 925 _
v o) =1In] (34)
VbVs 9250 s
VDZVS 932pes
L VDVS 4 Lg3pgas -
= A% G =1 (35)

where Vp, Vs, and Ip are the dc drain and source voltages, and
dc drain current, respectively. From the dc simulation or mea-
surement, the drain current can be obtained for numerous values
of Vp and Vs. From n such evaluations, V and I willbe n x 8
and n X 1 matrices, respectively, with each row representing
a measurement for particular Vp and Vs. Using singular value
decomposition (SVD) [32], unitary matrices X, and Y of sizes
n X n and 8 X 8 respectively, can be obtained such that

V =XXY’ (36)

where X is an n x 8 diagonal matrix. Equation (35) can be solved
by finding the pseudoinverse of V, defined as

VvVt =vYZtx’ (37)

where 7 is the transpose of ¥ with every element being re-
placed by its reciprocal. Thus,

G=VTtI. (38)

This technique computes the least mean-square values of the
coefficients in (1).

APPENDIX II
DISTORTION COEFFICIENTS

The coefficients for the second-order Volterra kernel of the
drain voltage in (12a) are given by

Ay =92 (392)
91
2
A = (92D&s ;i- 92, ) (39b)
91
Ay = (g2, + .612;3&5 + g25) (39¢)
1

and the coefficients for the third-order Volterra kernel of the
drain voltage in (12b) are given by

Bs =2g5_ + 91935 (40a)
By = 1(392,¢ 5925 + 693 + 91935005 + 391935)  (40b)
B1=07(93 05 + 292,925 + 692,0:925 + 693,
+ 20193 p 025 T 91932005 T 391935)
Bo =03(920 92065 + Fapes + 2020925 + 392005926
+295. + 91(93p + I3pess T I3apes + 935))-
(40d)

(40c¢)
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The coefficients for the Volterra kernel for the XM distortion in
(19) are given by

Cs =3(293, + 91935) (41a)
Co = g1(392p¢ s 925 + 605, + 9103pess + 391035)  (41b)
Cr =93 (95 e s + 2925925 + 692,05 925 + 695,

+ 291930005 + 9193:p0s + 391935) (41c)

Co = 3.61:1))(9213921)&5 + g%[)&s + 2925925 + 39205925
+ 26]%5 + 9193p + 9193 pe.os + 91935 pe s + glg?)s)-
(41d)
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